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A 0.3-V 37-nW 53-dB SNDR Asynchronous
Delta–Sigma Modulator in 0.18-μm CMOS

Tomasz Kulej , Fabian Khateb , and Luís H. C. Ferreira , Senior Member, IEEE

Abstract— A new solution for an ultralow-voltage bulk-
driven (BD) asynchronous delta–sigma modulator is described
in this paper. While implemented in a standard 0.18-µm
CMOS process from the Taiwan Semiconductor Manufacturing
Company and supplied with VDD = 0.3 V, the circuit offers a
53.3-dB signal-to-noise and distortion ratio, which corresponds
to 8.56-bit resolution. In addition, the total power consumption
is 37 nW, the signal bandwidth is 62 Hz, and the resulting power
efficiency is 0.79 pJ/conversion. The above-mentioned features
have been achieved employing a highly linear transconductor and
a hysteretic comparator based on nontailed BD differential pair.

Index Terms— Asynchronous delta–sigma modulator (ADSM),
bulk driven (BD), delta–sigma modulator (DSM), low power, low
voltage, sub-0.5-V circuits.

I. INTRODUCTION

IN RECENT years, there has been a significant interest in
the design of ultralow-voltage (ULV) and ultralow-power

(ULP) analog circuits, dedicated for applications powered
from nonconventional energy sources (energy harvesters).
In order to meet the requirements posed by such sources,
a number of innovative circuit solutions have recently
been developed, operating from supply voltages (VDD) as
low as 0.25–0.3 V. The most interesting solutions include
unbuffered op-amps [1], [2], linear transconductors [3], [4],
and delta–sigma modulators (DSMs) [5]–[7]. In most cases,
the authors exploit the concept of subthreshold biased
bulk-driven (BD) transistors that allow overcoming issues of
poor signal swing when the supply voltage is comparable or
even less than the threshold voltage (VTH) of the employed
MOS transistors. It is also worth to point out that most often
the authors exploit different versions of 0.13-μm technology
with relatively low |VTH|, approximately equal to 0.25 V.
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One of the greatest challenges for analog designers dealing
with sub-0.5-V circuits is the realization of power efficient and
precise analog-to-digital converters (ADCs). Among different
architectures, the ADCs based on clock-less asynchronous
DSMs (ADSMs) have gained considerable attention in recent
years, because of their potential advantages for applications in
ULP wireless sensor nodes [6]–[10].

The ADSM translates a band-limited analog input signal
to an asynchronous duty-cycle modulated square wave, which
can then be digitized with a time-to-digital converter. Owing
to its principle of operation, the circuit has a simple structure,
does not require any clocking, is free of quantization noise,
has good frequency response, and offers good accuracy at very
low supply voltages [8]–[10]. It is also worth to point out
that ADSM architecture is well compatible with contemporary
CMOS technologies.

An interesting approach to the design of an ULV ADSM
based on BD building blocks and exploiting a single-ended
RC integrator has recently been proposed in [6]. The cir-
cuit offers reasonable performance in an ULV environment,
nevertheless, it was realized using low VTH CMOS process
and required several off-chip passive elements. In this paper,
a new approach to the design of an ULV ADSM is presented.
The proposed circuit offers similar performance as the one
described in [6] but can operate with much lower relative
supply voltage (VDD/VTH). The fully differential architecture
of this circuit allows reducing the even harmonics of the
output signal, thus improving the linearity and consequently
the resolution of ADSM. In addition, since the RC integrator
in [6] has been replaced with a Gm–C integrator in the
proposed design, the above-mentioned external RC elements
applied in [6] are avoided, which is another advantage of the
proposed solution.

The design experimentally confirms proper operation of the
transconductor [4] and the common-mode feedback (CMFB)
circuit [12], which in original papers was validated only by
simulations. In addition, a new ULV BD comparator has
been designed and investigated. All the blocks were designed
and optimized for application in ULV ADSM and the design
tradeoffs for such application have been discussed. The design
experimentally confirms the feasibility of the proposed circuits
and investigates their performance in ULV ADSM.

The rest of this paper is organized as follows. In Section II,
a general description of the proposed design is provided.
In Section III, its transistor level realization is described in
detail. Section IV presents the most important measurement

1063-8210 © 2018 IEEE. Personal use is permitted, but republication/redistribution requires IEEE permission.
See http://www.ieee.org/publications_standards/publications/rights/index.html for more information.

https://orcid.org/0000-0002-6315-9292
https://orcid.org/0000-0002-9864-9830
https://orcid.org/0000-0003-0189-036X


This article has been accepted for inclusion in a future issue of this journal. Content is final as presented, with the exception of pagination.

2 IEEE TRANSACTIONS ON VERY LARGE SCALE INTEGRATION (VLSI) SYSTEMS

Fig. 1. (a) First-order ADSM. (b) Realization with linear transconductors. (c) Proposed fully differential ADSM.

results and comparison with other ULV ADSMs. Finally, this
paper is concluded in Section V.

II. ADSM

A. Principle of Operation

The block diagram of the first-order ADSM is shown
in Fig. 1(a) [8]. The circuit consists of an integrator and a hys-
teretic comparator operating in a feedback loop. The ADSM
generates a square-wave output signal with both, the duty
cycle d , and the oscillation period To being functions of the
input amplitude, according to the following formulas [8]:

d = 1 + u

2
(1)

To = 1

fo(1 − u2)
, |u| < 1 (2)

where u = Vin/Vm is the normalized input amplitude, with the
normalization voltage Vm equal to the output voltage level,
and fo is the constant center frequency.

The analog integrator and the summing node can be realized
using the Gm–C approach as illustrated in Fig. 1(b), where
two single-ended transconductors are used. Since ADSM
self-oscillates and generates a square wave on its output,
hence, for simplicity, the feedback transconductor in Fig. 1(b)
(−gm) can be replaced with a switched current source, which
sinks or sources an appropriate amount of current, when the
output signal (Vout) is high or low, respectively. Such an
approach has been applied in the proposed fully differential
ADSM.

The block diagram of the proposed fully differential ADSM
is shown in Fig. 1(c). The circuit consists of a continuous-
time Gm–C integrator, a hysteretic comparator (K1), and a

1-bit digital-to-analog converter (1-bit DAC) in the form of
the switched current sources IB, with transistors Mp and Mn
operating as switches. Note that in the proposed realization,
the feedback signal depends on the value of IB rather than the
output voltage level as in Fig. 1(a), which makes the proposed
circuit less sensitive to power supply variations.

Straightforward analysis of the ADSM with the assumption
of ideal circuit elements (except the parasitic time delay
introduced by the hysteretic comparator) yields the following
results. The periods T1 and T2, when the output voltage Vout
is high or low, respectively, [Fig. 1(c)] can be expressed as

T1 = 2

(
H C1

2IB
+ τ

)
1

1 − u
(3)

T2 = 2

(
H C1

2IB
+ τ

)
1

1 + u
(4)

where H is the hysteresis threshold voltage, τ is the compara-
tor time delay, and u is the normalized input dc signal, which,
in this case, is given as

u = gm Vin

2IB
. (5)

Thus, the normalized signal u depends on gm and IB
[both denoted in Fig. 1(c)] rather than the output amplitude
(Vm = 2IB/gm). The value of u is equal to the modulation
depth of the ADSM. For proper operation, it is required
|u| < 1. In other cases, the modulator will be overloaded.

From (3) and (4), the duty cycle for the considered circuit
is given as

d = T1

T1 + T2
= 1 + u

2
(6)
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while the total time period of the output square wave To is

To = T1 + T2 = 4

(
H C1

2IB
+ τ

)
1

1 − u2 . (7)

As is easy to note, the forms of (6) and (7) agree well with
the forms of (1) and (2), respectively.

The normalized input signal u can also be expressed in
terms of T1 and T2 as

u = T1 − T2

T1 + T2
. (8)

Hence, the input signal could easily be recovered by the
measurement of the periods T1 and T2. This could be done with
a reconstruction digital circuit [8]. It is worth noting that with
the assumptions made previously, the comparator time delay
τ and the hysteresis threshold H do not affect the result given
by (8). This means that also variations of the above-mentioned
parameters with the process, VDD, temperature (PVT), and
transistor mismatches do not affect the recovered signal. The
variations of τ and H affect only the center frequency fo of
the ADSM ( fo = 1/To for u = 0), this, however, could be
overcome using the approach proposed in [11]. The recovery
of the input signal can be obtained using the strategy proposed
in [10].

B. Second-Order Effects

For the very low supply voltages and deeply scaled tech-
nologies, it is very difficult to achieve voltage gains of the
transconductor larger than around 30–40 dB, since cascode
connections cannot be used. The BD approach further reduces
the dc voltage gains, due to the low bulk transconductance
(gmb) of a MOS transistor. Therefore, the Gm–C integrator
in Fig. 1(c) has to be considered as a lossy one. The impact
of a lossy RC integrator on ADSM performance has previously
been analyzed in [6].

Following the analysis method proposed in [6], similar
expressions can be derived for the Gm–C integrator considered
in this paper. Due to the impact of the finite voltage gain of
the integrator, the period To for u = 0 is modified as follows:

To = 4

(
H C1

2IB
+ τ

) [
1 + 1

3

(
H

IB Ro
+ τ

RoC1

)2
]

(9)

where Ro = rout||rdac, rout and rdac are the output resis-
tances (single output) of the transconductor and the 1-bit
DAC, respectively. For simplicity, it was assumed that rdac
is identical for T1 and T2 (sinking or sourcing current by
the DAC).

The nonlinear (exponential) step response of a lossy integra-
tor leads to the nonlinear dependence between the normalized
input signal u and the periods T1 and T2

T1 − T2

T1 + T2
= u + 2

3

(
H

IB Ro
+ τ

RoC1

)2

u3 + · · · . (10)

Thus, for a sinusoidal input signal with normalized ampli-
tude um, the third-harmonic distortion is given as

HD3 ≈ 1

6

(
H

IB Ro
+ τ

RoC1

)2

u2
m. (11)

The above-mentioned results are very similar to the ones
derived for the RC integrator considered in [6]. Also, the main
conclusions are analogous. In order to minimize the nonlinear
distortion introduced by the finite voltage gain of the inte-
grator, both the H /Ro IB and the τ /RoC1 ratios should be as
small as possible. This also means that the amplitude of the
triangular wave observed at the output of the Gm–C integrator
should be minimized.

III. TRANSISTOR LEVEL REALIZATION

A. Gm–C Integrator

In the proposed design, the Gm–C approach has been used
to design a voltage integrator. The Gm–C integrators provide
better power efficiency and larger input resistance than their
RC counterparts and allow avoiding large resistors which
are difficult to integrate. The Gm–C integrator employed in
the considered design [Fig. 2(a)] consists of the BD linear
transconductor first proposed in [4] and the CMFB circuit first
proposed in [12]. The Gm stage is characterized by excellent
linearity of its transfer characteristic, even for VDD as low
as 0.25 V. Assuming operation in the subthreshold region
and neglecting the impact of the finite output resistances of
MOS transistors, the HD3 nonlinear distortion, determined for
the transconductor with outputs shorted to mid supply (VCM),
is given as

HD3 = 1

16

(
m − 1

3

)
γ 2

p

2|�Fp| − VDD/2

(
Vin

2npUT

)2

(12)

where

m = 1

2 + (W/L)2/(W/L)1
(13)

and the other symbols mean: γp is the bulk threshold para-
meter, np is the subthreshold slope factor, 2|�Fp| is twice the
Fermi potential (all for a p-channel transistor), and UT is the
thermal potential.

As it is easy to note, assuming m = 1/3, the HD3 can
be made equal to 0; therefore, for the considered design, the
aspect ratios for transistors M1–M3 were assumed identical.

The CMFB circuit exploited in the considered design
[Fig. 2(b)] is characterized by large insensitivity to differential
signals, without employing a resistive voltage divider at its
input [12]. The first feature allows minimizing the nonlinear
distortion introduced by this circuit, while the second one
ensures its input resistance to be sufficiently large for the
considered application.

The quiescent values of |VDS| voltages at all internal nodes
of the integrator have been chosen slightly above VDD/2
(5–10 mV). This ensures the maximum voltage headroom that
allows the circuit to accommodate for possible process and
temperature variations, namely, avoiding the operation of all
transistors in the triode region. The same principle has been
applied in other blocks of the ADSM.

Table I sums up the simulated parameters of the transcon-
ductor used in this design (with CMFB).
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Fig. 2. (a) BD Gm–C integrator. (b) CMFB circuit.

TABLE I

SIMULATED PARAMETERS OF THE TRANSCONDUCTOR

IB = 5 nA AND V DD = 0.3 V

B. Hysteretic Comparator

The hysteretic comparator (Fig. 3) has been implemented
as a BD open-loop amplifier loaded with a negative resistance
load (NRL). Its input differential amplifier (M15–M17) is based
on the solution first described in [13]. Despite the lack of

the tail current source, which is a very desirable feature in
sub-0.5-V design, the circuit behaves as a truly differen-
tial amplifier with sufficiently high common-mode rejection
ratio (CMRR) and power supply rejection ratio (PSRR) [13].
In addition, due to the transconductance boosting circuitry
(M16A,B), its dc voltage gain is improved by 6 dB as compared
with a common BD differential pair.

The built-in hysteresis is realized in a standard way with the
NRL circuit composed of transistors M22–M23. The hysteresis
threshold (H ) depends on the ratio of the aspect ratios of
the diode-connected transistors M22 and the cross-coupled
transistors M23 [14]. It should be noted here that according
to (11), the smaller the hysteresis, the lower the nonlinear
distortion of the ADSM. Therefore, the hysteresis threshold
should be as small as possible. Its minimum size is limited by
transistor mismatches. The simulated hysteresis threshold in
this project was 3.12 mV. Its standard deviation was 0.85 mV
(results of the Monte Carlo mismatch analysis, 100 runs). The
set of the current mirrors (M18–M22) is used to realize the
differential output of the comparator. The additional inverters
(Inv1 and Inv2) are used to further improve the quality of the
output waveform.

Fig. 4 shows the simulated dc transfer characteristic of
the comparator, while Fig. 5 shows its transient response for
different input voltages. As it can be noted, the time delay
of the comparator (τ ) depends on the amplitude of the input
signal and varies from 10 μs for Vin = 300 mV to 74 μs for
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Fig. 3. BD hysteretic comparator.

Fig. 4. Simulated dc transfer characteristic of the voltage comparator.

TABLE II

SIMULATED PARAMETERS OF THE COMPARATOR

Vin = 10 mV. The simulated parameters of the comparator are
summarized in Table II.

C. 1-Bit DAC

The 1-bit DAC exploited in the considered design is shown
in Fig. 6. The circuit consists of four current sources/sinks,
realized with transistors M24C,D, M25B,C, and four switches
M26A,B and M27A,B. The input terminals (gates) of the
switches are controlled with the output signals of the ADSM.
Depending on the output voltage levels, the DAC out-
puts sink or source a current equal to IB (5 nA). Thus,
the 1-bit DAC can be considered as a fully differential
switched-current source. The mismatched currents (ID24C,
ID24D, ID25B, and ID25C) for the 1-bit DAC add up to
the mismatched currents ID6A, ID6B, ID8A, and ID8B of the
input transconductor, thus increasing the input offset of the

Fig. 5. Simulated time response of the voltage comparator.

Fig. 6. 1-bit DAC circuit.

ADSM (VOS), and consequently affecting the duty cycle of
the generated waveform for Vin = 0, which is given as

T1

T1 + T2
= 1

2

(
1 + gm VOS

2IB

)
. (14)

In order to avoid large input-referred offsets and decrease
the input-referred flicker noise, the transistor sizes used in
both the Gm stage and the 1-bit DAC should be sufficiently
large. The simulated leakage currents of switches were less
than 1% of IB. Other parameters of the DAC are summarized
in Table III.
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TABLE III

SIMULATED PARAMETERS OF THE DAC

D. Noise and Dynamic Range

Assuming that the cutoff frequency of the Gm–C integrator
is much larger than the 3-dB bandwidth (BW) of the ADSM,
namely, assuming that the voltage gain of the input stage
is much larger than unity for frequencies lower than BW,
the noise contribution of the comparator can be neglected, and
the input-referred analog noise of the ADSM is determined
by the input transconductor and the 1-bit DAC. Neglecting
the second-order effects, the output noise current of the
transconductor is given as

i2
nGm = 2i2

6 + 2i2
8 (15)

where ¯i2
i denotes the mean-square noise (drain) current of the

transistor Mi. Similarly, assuming that transistors M24A−D are
identical and M25A−C are identical as well, the output noise
current of the 1-bit DAC can be expressed as

i2
nDAC = 3i2

24 + 2i2
25. (16)

The two currents sum up at the output nodes of the
input transconductor; hence, the total output noise current is
given as

i2
no = i2

nGm + 2i2
nDAC. (17)

When referred to the differential input of the ADSM, the input-
referred voltage noise can be expressed as

v2
n = i2

no

g2
mb6

= 1

g2
mb6

(
2i2

6 + 2i2
8 + 3i2

24 + 2i2
25

)
. (18)

The thermal ( ¯i2
t ) and flicker ( ¯i2

1/ f ) noise currents of a MOS
transistor in weak inversion can be expressed as

i2
t = 2nkT gm (19)

i2
1/ f = K × g2

m

f COXW L
(20)

where n is the subthreshold slope factor, k is Boltzmann’s
constant, T is the absolute temperature, gm is the transcon-
ductance, K is the flicker noise constant, and COX is the
oxide capacitance per unit area. Substituting (19) and (20)
into (18), the input-referred thermal and flicker noise of the

ADSM can be, respectively, expressed as

v2
t = 2nkT

g2
mb6

[2gm6 + 2gm8 + 3gm24 + 2gm25] (21)

v2
1/ f = 1

f COXg2
mb6

×
[

2
K pg2

m6

W6 L6
+ 2

Kn g2
m8

W8 L8
+ 3

Kn g2
m24

W24 L24
+ 2

K pg2
m25

W25 L25

]

(22)

where the terms with indexes 6 and 8 represent the impact of
the input transconductor, and the terms with indexes 24 and
25 represent the impact of the 1-bit DAC.

Based on the level of analog noise, the “analog” signal-to-
noise ratio (SNRa) can be calculated as

SNRa = Vinrms√
v2

n(BW)

(23)

where Vinrms is the maximum rms value of the input voltage,
and ¯v2

n(BW) is the input-referred noise integrated in the
modulator BW.

It is worth to point out that in order to realize a complete
ADC, an additional sampler has to be applied at the output
of ADSM [8], which also limits the SNR. The “digital” SNR
can be calculated as [7]

SNRd = 3

4

ω2
s

ωbωo
u2 (24)

where ωs is the sampling frequency, ωb is the modulator BW
(ωb = 2πBW), ωo is the oscillation frequency of ADSM for
Vin = 0, and u was previously defined by (5). The resulting
SNR of the ADSM-based ADC is given as

SNR = −10 log(10−SNRd/10 + 10−SNRa/10). (25)

It is worth to note that SNRd is increasing with the sampling
frequency ωs. For sufficiently large ωs, the resulting SNR is
constrained only by analog noise.

E. Impact of Mismatch

The impact of transistor mismatch on ADSM performance
has been evaluated performing the small-signal mismatch
analysis [15]. For the benefit of compact, but sufficiently
accurate expressions, it was assumed that in a weak inversion
region, the random differences of threshold voltages dominate
all other sources of mismatch; therefore, the other sources can
be neglected. As it was shown in [16], for a pair of closely
spaced identical MOS transistors, the random differences of
threshold voltages (�VTH) can be described by a normal
distribution with zero mean and a variance given as

σ 2(�VTH) = A2
V

W L
(26)

where AV is the process dependent constant. Applying the
above-mentioned model, the mismatched current of the 1-bit
DAC (standard deviation) can be expressed as

σ(IB) =
√

g2
m24

A2
V n

W24 L24
+ g2

m25

A2
V p

W25 L25
(27)
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TABLE IV

TRANSISTOR ASPECT RATIOS AND DEVICE VALUES

assuming further that the subthreshold slope n is identical for
p- and n-channel transistors, the above-mentioned equation can
be simplified to

σ(IB) = IB

nUT

√
A2

V n

W24 L24
+ A2

V p

W25 L25
. (28)

Mismatched output currents of the 1-bit DAC add up to the
mismatched currents of the output transistors of the transcon-
ductor, thus increasing the input-referred offset of the ADSM,
which can be expressed as (29), shown at the bottom of this
page.

As it is easy to note, the input-referred offset of the ADSM,
for a given technology process, depends mainly on transistor
sizes and the gm /gmb ratio for its input transistors.

It is also worth to point out that the transistor mismatch also
affects the linearity of the input transconductor [4].

The possible mismatch of the capacitors C1 has a negli-
gible impact on ADSM performance. If C1’ and C1” denote
the mismatched values of the capacitances C1, then, assum-
ing perfect linearity of the input transconductor and infinite
CMRR of the comparator input stage, the only effect of
this mismatch depends on modifying the periods T1 and T2
given by (3) and (4), respectively, by replacing C1 with
2[C1’ C1”/(C1’ + C1”)]. Since both periods are affected in the
same way, mismatch of the capacitances C1 does not affect
the normalized signal u [see (8)].

IV. EXPERIMENTAL RESULTS

A. ADSM

The ADSM has been designed and fabricated using the stan-
dard 0.18-μm CMOS process from the Taiwan Semiconductor

Fig. 7. Microphotograph of the fabricated ADSM.

Fig. 8. Circuit configuration used for measurements.

Manufacturing Company. The circuit was designed for VDD =
0.3 V and IB = 5 nA. The transistors aspect ratios and other
device values assumed for this design are summarized in Table
IV. The aspect ratios of all transistors in the transconductor
circuit have been highly up-scaled in order to decrease both
the nonlinear distortion in the presence of mismatch as well
as the input-referred flicker noise and offset. The same applies
for transistors used in the DAC circuit. The capacitances C1
[see Fig. 1(c)] were chosen relatively large (50 pF) in order to
decrease the nonlinear distortion of the modulator, as shown
by (11).

The microphotograph of the fabricated ADSM (with capac-
itors C1) is shown in Fig. 7. The total active area is
300 × 157 μm2 without capacitors and 900 × 157 μm2 with
capacitors. Fig. 8 shows the circuit configuration used for
measurements. The input and output baluns based on the OPA
2228 op-amps and the INA333 instrumentation amplifier with
a differential gain equal to unity were used to convert the
single-ended signals to differential ones and vice versa.

The output square wave of the ADSM for Vin = 0 is shown
in Fig. 9. The duty cycle of this waveform was 49.95%, which
proves a very small input-referred offset of the modulator
(63 μV), much lower than the simulated value of 1σ offset
(1.55 mV). The frequency spectrum of the output signal for
Vin = 0 is shown in Fig. 10. The frequency of oscillations
(center frequency of ADSM) was equal to 2.64 kHz and
was very close to the simulated value (2.72 kHz). With the
measured 62-Hz BW of the modulator (simulated 60 Hz),
this corresponds to the oversampling ratio of around 40 for
a conventional DSM.

Fig. 11 shows the output spectrum of the ADSM with
0.05-Hz resolution when its input is excited with a sine
wave of 50-mV amplitude (100 mVpp) and 10-Hz frequency.

σ(VOS) = gm6

gmb6

√
A2

V p

W6 L6
+

(
gm8

gm6

)2 A2
V n

W8 L8
+

(
gm24

gm6

)2 A2
V n

W24 L24
+

(
gm25

gm6

)2 A2
V p

W25 L25
. (29)
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Fig. 9. Differential output voltage of ADSM for Vin = 0.

Fig. 10. Frequency spectrum of the output signal of the ADSM for Vin = 0
(sample frequency: 2.5 MHz and FFT resolution: 50 Hz).

Fig. 11. Frequency spectrum of the output signal of the ADSM for the
input sine wave of 50 mV/10 Hz (sample frequency: 25 kHz and FFT
resolution: 0.05 Hz).

This corresponds to the modulation depth of 40%. The mea-
sured levels of the HD3, HD4, and HD5 were equal to −59.5,
−71, and −72 dB, respectively. Therefore, the total harmonic
distortion (THD) was equal to −59.1 dB.

The SNR of the proposed modulator was calculated by
integrating all points of the fast Fourier transform (FFT) inside
the BW and was found to be equal to 54.7 dB. The signal-to-
noise and distortion ratio (SNDR) was then calculated using
the formula

SNDR = −10 log(10−SNR/10 + 10−THD/10) (30)

TABLE V

SIMULATED MAIN PERFORMANCE PARAMETERS OVER PVT VARIATIONS

and was found to be equal to 53.3 dB. Consequently, the
effective number of bits (ENOB)

ENOB = SNDR − 1.76

6.02
(31)

for the considered modulator was equal to 8.56 bits. This cor-
responds to 265-μV resolution under 100-mVpp input signal.

It is worth to point out that the measured SNR was deterio-
rated mainly by SNRd [see (24) and (25)], which was limited
by the parameters of the measurement equipment. Using better
equipment with larger sampling frequency for the required
resolution of FFT, the SNR could be increased to 66 dB
(simulated value of SNRa). Consequently, the parameters
SNDR and ENOB would be improved as well.

In order to show the circuit robustness against PVT varia-
tions, the results of corner analysis are shown in Table V. As it
can be concluded, the circuit is robust against PVT variations.
Larger variations can be observed only for the modulator
frequency, since variations of process and temperature affected
the comparator hysteresis and time delay. The amplitude of
the output signal was also affected through variations of the
input transconductance gm [see (5)], but these variations were
relatively small and did not exceed 1 dB. The simulated HD3
was around 10 dB lower than the measured one.

The PSRR of the modulator has also been investigated
assuming a 100-mVpp ac signal added to the supply voltage,
with Vin = 0, and performing FFT of the output waveform.
The ADSM response in such a case was below the FFT noise
floor, namely, the resulting PSRR was estimated to be larger
than 80 dB. The measured input currents of ADSM were lower
than 100 pA in the whole input range.
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TABLE VI

PERFORMANCE COMPARISON OF SUB-0.5-V ADSMS AND DSMS

B. Comparison With Other Designs

Table VI presents a comparison of the proposed ADSM
with other ULV DSMs. In order to facilitate the comparison,
the well-known Walden and Schreier figures of merit (FOMs)
were used

FOM1 = Pdiss

2ENOB2BW
(32)

FOM2 = DR + 10 log10

(
BW

Pdiss

)
. (33)

As it can be concluded from Table VI, the proposed modu-
lator offers similar performance as the ADSM circuit recently
described in [6], but it is realized using technology with much
larger threshold voltages. Among all the compared modulators,
the proposed circuit is realized with the lowest relative supply
voltage (VDD/VTH ratio). Note that using processes with larger
VTH (lower leakage currents) allows decreasing the dissipation
power of a digital part of a system.

The lack of the large external RC elements which were
applied in [6] and [7] is an additional advantage. The total
silicon area of the proposed ADSM (with on-chip capaci-
tances C1) is similar like the silicon area of the modulators
in [6] and [7], which requires external RC elements, and is
much smaller than the silicon area of other DSMs in Table VI.
It is worth to point out that the SNR, SNDR, and FOMs of
the proposed circuit could be further improved with larger
sampling frequency ωs.

The other ADCs in Table VI were included only for
illustrative purposes. It is well known that conventional DSMs
typically provide better FOMs than ADSMs. Moreover, for the

considered frequency range, the SAR ADCs typically provide
the best power efficiency. However, the most attractive feature
of ADSMs is their clock-less operation rather than power
efficiency. This feature can be very useful in applications in
wireless sensor nodes and caused a renewed interest in this
method of ADC. Therefore, the proposed solution should be
first of all compared with other ULV ADSMs.

V. CONCLUSION

A new solution for an ULV ADSM has been designed
and experimentally tested. The circuit provides similar per-
formance as previously existing solutions while operating
with much lower relative supply voltage (VDD/VTH). The
design experimentally confirms proper operation of several
ULV building blocks that were previously validated only by
simulations. Moreover, a new ULV hysteretic comparator has
been described. The proposed ADSM could also operate with a
larger supply voltage (up to 0.5 V) and larger biasing currents.
In such a case, the modulator BW could be increased as well.
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